1190

Amin et al. / J Zhejiang Univ-Sci C (Comput & Electron) 2014 15(12):1190-1199

Journal of Zhejiang University-SCIENCE C (Computers & Electronics)
ISSN 1869-1951 (Print); ISSN 1869-196X (Online)
www.zju.edu.cn/jzus; www.springerlink.com
E-mail: jzus@zju.edu.cn

Folded down-conversion mixer for a 60 GHz receiver
architecture in 65-nm CMOS technology*
Najam Muhammad AMIN†, Zhi-gong WANG†‡, Zhi-qun LI
(Institute of RF- & OE-ICs, Southeast University, Nanjing 210096, China)
†

E-mail: najam.m.amin@seu.edu.cn; zgwang@seu.edu.cn

Received Mar. 13, 2014; Revision accepted June 24, 2014; Crosschecked Nov. 9, 2014

Abstract: We present the design of a folded down-conversion mixer which is incorporated at the final down-conversion stage of
a 60 GHz receiver. The mixer employs an ac-coupled current reuse transconductance stage. It performs well under low supply
voltages, and is less sensitive to temperature variations and process spread. The mixer operates at an input radio frequency (RF)
band ranging from 10.25 to 13.75 GHz, with a fixed local oscillator (LO) frequency of 12 GHz, which down-converts the RF band
to an intermediate frequency (IF) band ranging from dc to 1.75 GHz. The mixer is designed in a 65 nm low power (LP) CMOS
process with an active chip area of only 0.0179 mm2. At a nominal supply voltage of 1.2 V and an IF of 10 MHz, a maximum
voltage conversion gain (VCG) of 9.8 dB, a double sideband noise figure (DSB-NF) of 11.6 dB, and a linearity in terms of input
1 dB compression point (Pin,1dB) of −13 dBm are measured. The mixer draws a current of 5 mA from a 1.2 V supply dissipating a
power of only 6 mW.
Key words: Folded mixer, Current reuse, Low power, Inductorless design, Direct conversion
doi:10.1631/jzus.C1400087
Document code: A
CLC number: TN4

1 Introduction
The 7 GHz unlicensed band at 60 GHz has resulted in active research in CMOS integrated circuits
(ICs) for high data-rate wireless communication systems. In 60 GHz transceiver designs, the receiver
front-end is a critical block that amplifies a small RF
signal from the antenna and converts it down to
baseband under a specified signal-to-noise ratio (Cai
et al., 2013). The simplest realization of a 60 GHz
receiver is by employing a direct conversion architecture (Afshar et al., 2008; Marcu et al., 2009;
Tomkins et al., 2009; Vecchi et al., 2011), which has
the advantage of low power consumption (compared
‡
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to its heterodyne counterpart) due to fewer building
blocks. Nevertheless, this simple architecture faces
many challenges in terms of local oscillator (LO) I/Q
generation, LO frequency division, and LO distribution, as has been discussed by Razavi (2009). Moreover, quadrature phase generation at 60 GHz has an
effect of considerable degradation in phase noise
according to Razavi (2009). The phase noise generated by a low frequency voltage-controlled oscillator
(VCO) is magnified due to frequency multiplication
in order to achieve a reference frequency close to the
desired carrier frequency, which for the case of multicarrier transmission scheme such as orthogonal
frequency division multiplexing (OFDM) is quite
critical due to spectrum broadening.
The aforementioned LO related problems can be
greatly simplified by employing dual-conversion or
heterodyne receiver architecture (Fig. 1). After the
weak input signal reception by the receive antenna
and subsequent amplification along with noise

1191

Amin et al. / J Zhejiang Univ-Sci C (Comput & Electron) 2014 15(12):1190-1199

injection by the low noise amplifier (LNA), the input
RF band ranging from 58.25 to 61.75 GHz is initially
down-converted by mixer 1 in the receiver chain to an
intermediate frequency (IF) band ranging from 10.25
to 13.75 GHz. A bandwidth of only 3.5 GHz out of
the available 7 GHz has been considered, as the design of a 60 GHz wireless communication system
covering the entire allocated bandwidth requires
much higher power consumption compared to a
wireless system which uses only a fraction of this
allocated bandwidth. An example of portable devices
with battery power limitation is worth mentioning,
where the major concern is energy efficiency rather
than higher bandwidth.
This work

2 Mixer design and implementation
2.1 Folded mixer design
The design of the proposed folded mixer along
with component values and transistor dimensions can
be seen from Fig. 2. The output small-signal current
of the transconductance stage (M1−M4) contains low
frequency second-order intermodulation products in
its spectrum, which can leak to the output IF stage (RL)
without being up-converted due to mismatches in
switch transistors (M5−M8). To prevent this leakage,
capacitive coupling is employed.
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Fig. 1 The 60 GHz receiver architecture with emphasis on
this work

The LO signal generation occurs at 48 GHz,
without requiring quadrature phases along with subsequent division at the same frequency (to achieve the
LO frequency for the final mixer, i.e., mixer 2, in the
receiver chain), permitting a broadband design.
Moreover, the distribution of differential LO signals
at 48 GHz is much simpler than that of quadrature
60 GHz components. The down-converted IF band
from mixer 1 (10.25–13.75 GHz) is finally downconverted directly to baseband ranging from dc to
1.75 GHz by an LO frequency of 48/4=12 GHz. The
focus of this work is the design of the final downconversion mixer (mixer 2) and it is the first design in
a series of other design blocks for the 60 GHz receiver
to follow (Fig. 1).
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Fig. 2 Schematic of the proposed folded mixer design
along with component values

The transconductance stage comprises a selfbias current reuse topology which is less sensitive to
supply voltage, temperature, and process variations.
By employing a feedback resistor to an inverter,
bandwidth extension can be achieved along with
self-biasing. The voltage gain (Wang and Wan, 2011)
and noise factor (Hampel et al., 2010) of the transconductance stage can be given as
AV  ( g m,NMOS  g m,PMOS )( RF //rds,NMOS //rds,PMOS //Z L ), (1)
2

F 1


1  1
 Rs   ...

Rs RF  g m

2

(2)

R   
 
1
 1  s  

,
Rs  RF    g m 5 g m 

where gm,NMOS, gm,PMOS are the transconductances and
rds,NMOS, rds,PMOS are the output channel resistances of
NMOS and PMOS transistors, respectively, whereas
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(3)

where ROUT is a parallel combination of rds,NMOS and
rds,PMOS, respectively. Eq. (3) can be rearranged for RF,
which leads to the following expression:
RF  Z IN (1  g m ROUT )  ROUT .

(4)

Assuming that a match of better than S11=−10 dB is a
feasible design criterion and solving the well-known
equation of the input reflection coefficient given by

 

Z IN  Z ο
,
Z IN  Z ο

(5)

in consideration of a 50 Ω reference impedance Z0, the
minimum and maximum values of ZIN are approximately 25 and 100 Ω, respectively (Hampel et al.,
2010). Substituting the values of gm=gm,NMOS+
gm,PMOS=48.31 mS, RL=105.4 Ω (obtained from the
aspect ratios of inverter transistors) and the minimum
and maximum values of ZIN in Eq. (4), results in a
corresponding range of RF such that 46.89 Ω≤RF≤
503.78 Ω.
For the case of a folded mixer, if the value of RF
is chosen within the aforementioned range (when
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input matching is considered), a considerable leakage
of LO to the RF port can severely deteriorate the
overall performance of the mixer, also giving rise to
DC offset which is highly undesirable for the design
of a direct conversion mixer. Fig. 3 gives an illustration of the simulated noise figure and isolation characteristics of the self-bias current reuse topology,
when employed to a folded mixer, with respect to
variation in RF.

LO-to-RF isolation (dB)

ZL denotes the transconductor’s output load impedance in Eq. (1). In Eq. (2), Rs denotes the source resistance, γ, δ, and α represent the bias-dependent
technology parameters, where α=gm/gds0 with gdso=gds
for Vds=0 (Hampel et al., 2010). A high voltage gain
can be achieved due to the improved transconductance of the stacked NMOS-PMOS transistor pair as is
evident from Eq. (1). This voltage gain can further be
increased by employing a high value of feedback
resistance RF. The high feedback resistance not only
improves the voltage gain but also has an effect of
noise figure reduction according to Eq. (2). This noise
figure reduction, however, comes at the expense of
deterioration in input matching.
To have an input match with a source resistance
of 50 Ω, the value of RF does not need to be high
enough. The input impedance of an unloaded self-bias
current reuse transconductance stage can easily be
derived as (derivation can be seen in Appendix A)
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Fig. 3 Isolation and NF (at IF=10 MHz) variation with
respect to RF (a) and effect of mismatches on isolation and
NF (b)

For a folded mixer operating under ideal conditions (no mismatches), a good LO to RF isolation can
be seen from Fig. 3a even at RF values as low as 100 Ω.
The noise figure is approximately 18 dB for such a
small value of RF but settles down to an approximate
value of 12 dB above 400 Ω without any further improvement by an increase in RF. However, when the
mismatch effects are considered (Fig. 3b), isolation
between LO and RF ports worsens, and an improvement can be seen only for an increase in the
value of RF unlike the case for noise figure, which
does not vary much above 500 Ω. The proposed mixer
is designed so that it can be later integrated into a
60 GHz receiver architecture (Fig. 1), where input
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matching is not a main concern. Instead, voltage
conversion gain is preferred over power gain.
Therefore, in this work input matching has been
compromised for better isolation, low noise figure,
and high voltage gain characteristics; hence, RF is
chosen to be high enough (RF=3 kΩ). As can be seen
from Fig. 3b, for LO-to-RF isolation ≥40 dB along
with an NF of 11 dB, values of 1.5 kΩ≤RF≤3 kΩ can
qualify for a good transcondutance design.
The switch core of the mixer can be implemented by employing either PMOS or NMOS transistors. For a capacitively coupled transconductance
stage and an implementation of switching stage using
PMOS transistors, inductors need to be inserted between supply rails and switch transistors source terminals. These inductors not only relax the voltage
headroom problem, not consuming any of the voltage
themselves, but also resonate out the parasitic capacitance present at the source terminals.
For narrowband applications, these inductors
can also be replaced by LC-tank circuits, as is the case
in Chiou et al. (2012), where the resonant frequency
of the tank circuit is close to LO and RF frequencies.
Unfortunately, for a double-balanced mixer two such
inductors or LC-tank circuits not only consume a lot
of die area, thereby increasing the cost of fabrication,
but also make the layout design problematic, due to
long interconnecting lines giving rise to losses,
thereby necessitating full-wave electromagnetic (EM)
simulations. Although the PMOS switch core has the
advantages of lower flicker noise and higher linearity
under low LO power, at low bias current over its
NMOS counterpart, it has lower conversion gain
compared to the NMOS switch core. Moreover, the
transition frequency fT of PMOS transistors is much
lower than that of NMOS transistors (fT,NMOS=
150 GHz>fT,PMOS=90 GHz in a TSMC 65 nm CMOS
technology). Effort has been made in this work to
realize an inductorless folded mixer. Therefore,
NMOS transistors were the preferred choice for the
switch core.
2.2 Conversion gain and linearity
The voltage conversion gain of the mixer, assuming a square wave LO signal and a high value of
feedback resistance, can be given as (Vidojkovic et al.,
2005)

2

CG  20 log  ( g m, NMOS  g m, PMOS ) RL  ,
π
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(6)

where RL is the load resistance. By decoupling the dc
paths in a folded mixer (Fig. 2), the transconductance
stage can be biased with a high dc current, which has
the advantage of an increase in conversion gain. The
feedback resistor RF assures that both inverter transistors are in saturation by connecting their respective
drain and gate terminals together. Not only is an increase in conversion gain possible by employing a
folded type topology, but an increase in linearity is
possible. The linearity in terms of the third-order
input intercept point (IIP3) can be given as (Hampel
et al., 2010)
IIP3  4

2 I ds , RF
,
3 K RF

(7)

where KRF=2µCOXW/L is the process parameter with
electron or hole mobility µ, the gate oxide capacitance
COX, and W and L are the width and length of the
transistors respectively along with Ids,RF representing
the bias current for the input transconductance stage.
Clearly, from Eq. (7) an increase in bias current effectively increases the linearity of the mixer. Nonlinearity in the mixer is caused due to the switch
transistors operating in the linear region. Therefore,
the switch transistors should be biased in deep saturation such that Vds>>Vds,sat and Vgs should be chosen
slightly higher than Vth (for abrupt switching between
saturation and cut-off regions) along with low voltage
level and voltage swing at the source terminals of
switch transistors.
2.3 Noise figure
The direct and indirect flicker noise contributions of switch transistors can be given as (Darabi and
Abidi, 2000)

in,dir  4 I ds , RFVn / ( ST ),

(8)

where T is the LO period, S is the slope of the LO
voltage at the switching time, and Vn is the slowly
varying low frequency noise present at the gates of
the switching pair, which modulates the time at which
the switching pair starts to perform switching. It is
expressed as
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where Kf is a process parameter and f is the frequency.
in,indir 

2Cp
T

Vn

(CpLO ) 2
( g m,SWITCH ) 2  (CpLO ) 2

,

(10)

where Cp is the parasitic capacitance at the source
terminal of the switch transistors and gm,SWITCH is the
switch transconductance (Amin et al., 2012). To
lower the direct flicker noise contribution, low bias
current should flow through the switch transistors
(M5–M8), as is evident from Eq. (8). This can be
achieved with the help of a folded mixer topology
along with high values of load (RL) and source terminal (RB) resistances. Having a high value load resistance not only limits the current through switch
transistors, but also helps boost the conversion gain.
The direct flicker noise can also be lowered by
employing wide switch transistors, as is evident from
Eq. (9). However, by increasing the width of switch
transistors to a large extent, Cp increases as well,
which causes an increase in the indirect flicker noise,
as can be seen from Eq. (10). Not only does the indirect flicker noise start increasing after reaching a
maximum value of switch width, but the conversion
gain starts to drop due to the small-signal RF current
being shunted to ground by Cp. Therefore, to avoid
the use of large area occupying inductors, a compromise has to be made between the direct, indirect
flicker noise contributions and conversion gain. Finally, polysilicon resistors have been used to implement the load stage along with an output buffer
matched to 50 Ω.
2.3 DC offset

Static dc offset caused by device mismatches,
LO-to-RF leakage, and second-order intermodulation
products is one of the major concerns when designing
a direct-conversion mixer. When realizing a balanced
mixer, mismatches in switch transistors and load resistances play a vital role in causing dc offset. This dc
offset is further dependent on the amount of bias
current flowing through the switching and load stages.
From Fig. 4, dc offset voltage with respect to LO
device mismatch for the switching stage of a folded
mixer biased at two different current densities can be

seen, along with an approximately zero bias current.
The higher the current density (J) of switch transistors,
the larger the value of dc offset due to device
mismatches.
A simulation similar to Choi et al. (2007) was
performed to evaluate the amount of dc offset due to
mismatches for the proposed mixer. Therefore, by
biasing the switch transistors at very low dc current
density (approximately zero), the effect of device
mismatches can be countered without compromising
mixer performance, as a folded mixer performs well
even when an approximately zero current flows
through the switch transistors. A dc offset value of
only 6 mV occurs for a device mismatch as high as
20%.
80.0m
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J=10 A/m @ LO
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Fig. 4 Simulated dc offset with respect to device mismatch

2.4 Transmission lines

The transmission lines play a vital role in resonating with the intrinsic parasitic capacitance of
transistors. The longer transmission lines connected
to the input gate and output drain terminals of the
transistors resonate out part of the parasitic capacitance, hence enhancing the voltage gain to some ex
extent. For the proposed mixer, voltage gain enhancement along with a wider gain curve was observed from simulation results when full-wave electromagnetic (EM) modeled lines for input RF, LO,
and interconnects between transconductor’s output
and switch transistors source terminals were employed, compared to simulation results with parasitic
extraction without extracted interconnect inductance.
An inductive quality factor QL=2ω0WM/PR was
defined by Doan et al. (2005) for transmission lines
resonating with parasitic capacitance (where ω0 is
the resonance frequency, PR is the average power

1195

Amin et al. / J Zhejiang Univ-Sci C (Comput & Electron) 2014 15(12):1190-1199

dissipated in the resistance, and WM is the average
magnetic energy stored), which normally store more
magnetic energy than electric energy (WE). For such
inductive lines (WM>>WE), the loss of the line is almost completely determined by QL according to Doan
et al. (2005). To implement transmission lines for the
mixer with high QL, two configurations have been
considered (Fig. 5). The first configuration (Fig. 5a) is
that of a microstrip line, with the topmost metal (M9)
used as the signal line and bottom metal (M1) used as
the ground plane. The second configuration is the one
shown in Fig. 5b, which is quite similar to a microstrip line with the exception that the substrate is
not entirely shielded with the M1 ground plane and a
separation S exists between the signal line (M9) and
ground plane (M1).
3 µm
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4.77 µm, εr2=3.5

M1 (GND)

0.18 µm

Substrate
Conductivity: 10-12 S/m
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10
Inductive quality factor

M1 (GND)

tion into the substrate), the ground plane is separated
from signal line with separation S (Fig. 5b), which has
an effect of an increase in the value of distributed
inductance resulting in an improvement in QL.
The increase of the separation S leads to increase
of QL as the ground is moved away from the signal
line, but at the same time electric field penetration
into the lossy substrate increases, thereby necessitating an optimization for the value of S. The EM simulation (performed in ADS Momentum) results given
in Fig. 6a show that the inductive quality factor (QL)
increases from approximately three for a microstrip
line (MSL) to approximately five for the ground
separated line, having a separation value of S=20 µm.
For S lower than 20 µm, the value of QL is low,
whereas for S higher than 20 µm, no significant improvement in QL can be seen. The distributed inductance with respect to the input frequency range for
different values of S can be seen from Fig. 6b. Clearly,
above S=20 µm, no significant improvement in inductance can be seen. Therefore, a separation of S=20
µm was found to be the optimum value for ground
separated interconnects.
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8
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4
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Fig. 5 Two potential transmission line candidates with
W=3 µm and L=300 µm: (a) microstrip line; (b) microstrip
line without completely shielded substrate

For a microstrip line, close proximity exists
between the signal line and ground plane (4.77 µm);
thus, the distributed inductance is small, resulting in
lowering of QL. To mitigate this problem to some
extent (at the expense of some electric field penetra-
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3 Measurement results

The chip micrograph of the proposed folded
mixer can be seen from Fig. 7. The chip has been
fabricated in TSMC’s 65 nm 1P9M LP-CMOS process. It covers an area of 564 µm×486 µm, including
the pads with an active area of only 0.0179 mm2.

VDD

RF+

the design procedure. Also, one of the main reasons of
bandwidth reduction is the parasitic capacitances
present at the input RF terminals and switch transistors source terminals (A, A′) (Fig. 2). By employing
appropriate valued inductors at these terminals, the
bandwidth can be extended further. The mixer consumed a current of 5 mA from a 1.2 V supply voltage,
leading to a power dissipation of 6 mW, and a current
consumption of only 2 mA for a 1 V supply voltage,
leading to a power dissipation of only 2 mW. An LO
power of 1 dBm was used for measurements.
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Fig. 7 Chip micrograph of the proposed folded mixer
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Fig. 8 Measured and simulated voltage conversion gains
for VDD=1.2 V and 1 V

The voltage conversion gain variation with respect to LO power for an IF of 10 MHz can be seen
from Fig. 9. With an increasing LO power, the switch
transistors partially operate in the linear region,
leading to a decrease in the conversion gain. The
measured Pin,1dB of −13 dBm at fIF=10 MHz can be
seen from Fig. 10. The isolation between different
ports of the mixer can be seen from Fig. 11.
16
14
12
VCG (dB)

Measurements have been carried out with RF,
LO inputs, and IF outputs probed on-wafer with differential signal−ground−signal (SGS) probes with a
pitch of 100 µm. An Agilent E4448A spectrum analyzer and an Agilent N8975A noise analyzer have
been used for measurement purposes. KRYTAR hybrids, with operational bandwidths from 1 to 12 GHz
and 6 to 26 GHz, were used at the LO and RF inputs,
whereas two different baluns with the operating frequency ranging from 10 MHz to 500 MHz and 500
MHz to 7 GHz designed by our institute were used at
the IF output.
The measurements have been carried out at a
nominal supply voltage of 1.2 V, along with a reduced
supply voltage of 1 V for the voltage conversion gain
(Fig. 8). An average conversion gain of approximately 9 dB within the desired IF bandwidth with a
conversion gain of 8 dB at 1.75 GHz for VDD=1.2 V,
along with a conversion gain of 5±0.5 dB for VDD=
1 V can be seen from this figure.
For a supply voltage of 1.2 V, comparison of
simulation results and the measured results (Fig. 8)
shows that the measured curve deviates from the
simulated curve by 2 dB at the far end of the IF
bandwidth (fIF=1.75 to 2 GHz). This deviation is
mainly due to additional interconnects parasitics,
which could not have been accurately modeled during
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2
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Fig. 9 Conversion gain variation with respect to LO power
at an IF=10 MHz
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16
Output power (dBm)

12

equals 10 MHz), the simulated flicker noise corner
frequency is presented along with the measured noise
figure in a log-frequency axis (Fig. 13b). The measured and extrapolated noise figure curves in this figure approximate fflicker<100 MHz. However, this
flicker noise corner frequency is just a vague approximation of the actual flicker noise frequency
which is far less than 100 MHz.
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Fig. 10 Pin,1dB at an IF of 10 MHz (fRF=12.01 GHz, fLO=
12 GHz)
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Fig. 11 Isolation characteristics of the proposed mixer
(baluns with different frequency ranges were employed
to measure isolation)

Depending upon the available baluns with their
respective frequency ranges, appropriate baluns were
used at different ports. Additional losses due to external transmission lines and components such as
dc-blocking capacitors and baluns were later removed
from the measured isolation, to determine the actual
isolation of the mixer. An isolation of ≥40 dB between
mixer ports can be seen.
The screenshot of the spectrum analyzer for a
down-converted IF signal at 10 MHz can be seen
from Fig. 12. An output buffer matched to 50 Ω accounts for a 10 dB loss along with an insertion loss of
13.5 dB due to external SMA connectors, dc-blocking
capacitors, and balun circuitry.
The measured double-sideband (DSB) NF performance of the proposed mixer is shown in Fig. 13a.
Due to the limitations of measurement equipment (the
lowest operating frequency of the noise analyzer

Fig. 12 Snapshot of the spectrum analyzer for an IF of
10 MHz
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Fig. 13 Double sideband noise figure (DSB-NF): (a) linear
IF axis; (b) simulated NF along with measured and extrapolated NF curves in a log-frequency axis
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4 Conclusions

The conventional Gilbert mixer is unsuitable for
low supply voltages due to its stacked architecture. To
resolve the problem of voltage headroom and achieve
an optimum performance from the mixer in terms of
high conversion gain and low noise figure, folded
mixer topology must be employed. A folded mixer
design for a 60 GHz receiver in a 65 nm LP-CMOS
process has been presented in this work.
The folded mixer employing an ac-coupled
self-bias current reuse topology for its transconductance stage shows good performance in terms of
conversion gain, noise figure, and linearity. A performance related comparison between this work and
other published works can be seen from Table B1 in
Appendix B. The performance of a mixer can be
evaluated in terms of its figure of merit (FOM) in dB.
The higher its value, the better the performance of a
mixer. As can be seen from Table B1, a good FOM
has been achieved for the proposed mixer compared
to other works.
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Appendix A

The small-signal equivalent circuit of a self-bias
current reuse transconductance stage (Fig. 2), without
any output loading from the subsequent stage, can be
seen from Fig. A1.

VX ( ROUT sCL  1) Z1  ROUT

.
IX
ROUT sCL  1  g m ROUT
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(A2)

At frequencies where |ROUTsCL|<<1 and |ROUTsCL|<<
1+gmROUT, Eq. (A2) reduces to
Z  ROUT
VX
 1
.
I X 1  g m ROUT

(A3)

Substituting Z1 in Eq. (A3) gives
Fig. A1 Small signal equivalent circuit of a self-bias
transconductor

In this figure, CGST=CGS, NMOS+CGS,PMOS, CGDT=
CGD,NMOS+CGD,PMOS, CL=CDB,NMOS+CDB,PMOS, ROUT=
rds,NMOS//rds,PMOS and Z1=RF//(1/(sCGDT)). To derive
the input impedance, CGST has been ignored for simplicity. Therefore, the voltage VX at node X can be
given as
VX  I X Z1  ( I X  g mVX )

ROUT
.
ROUT sCL  1

(A1)

Rearranging Eq. (A1) gives the following expression
for input impedance:

R  ROUT ( RF sCGDT  1)
VX
 F
.
I X ( RF sCGDT  1)(1  g m ROUT )

(A4)

The actual input impedance consists of a parallel
combination of Eq. (A4) and 1/(sCGST). At higher
frequencies, both Eqs. (A2) and (A4) contain real and
imaginary parts. For simplicity, we again assume that
at frequencies where |RFsCGDT|<<1, Eq. (A4) can be
reduced to
R  ROUT
VX
 Z IN  F
.
IX
1  g m ROUT

(A5)

Appendix B
Table B1 Performance summary with comparison to other works
Parameter
Process
RF frequency (GHz)
CGmax (dB)
Pin,1dB (dBm)
IIP3 (dBm)
NFmin (dB)
PDC (mW)
VDD (V)
FOM*** (dB)
Area (mm2)
*

Hermann
et al. (2005)
0.13 μm
CMOS
2.1–3
5.4
9.2
3.5
14.8 (SSB)
1.6
0.6
9.45
NA

Klumperink
et al. (2004)
0.18 μm
CMOS
0.3–4
11
NA
4.1
14 (SSB)
6.6
1
10.3
0.0048

Value/Description
Furuta
Poobuapheun
Safarian
Hampel
This work
et al. (2007) et al. (2007)* et al. (2005) et al. (2010)
0.13 μm
0.13 μm
0.18-μm
65 nm
65 nm
CMOS
CMOS
CMOS
CMOS
CMOS
0.85–2.1
0.7–2.5
3–8.72
1–10.5
10.25–13.75
13.2
38
5
14.5
≈10
NA
6
25.8
13.8
13
4.5
11
5
4.2
3.4**
12.3 (DSB)
10 (DSB)
6.8
6.5 (DSB)
7 (DSB)
8.25
24
10.4
14.4
6
1.5
1.5
1.8
1.2
1.2
9.37
22.6
10
9.037
10.5
NA
NA
1.624
0.011
0.017

 10G /20  10(IIP310)/20 
Including narrowband opamp; ** IIP3=P-1 dB+9.6 (Razavi, 1988); *** FOM  10lg 

NF/10
P(mW) 
 10

